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CHAPTER 1

“Introduction”

1.1 Overview

In the last 20 years Switched-Mode Power Supplies (SMPS) have become an important factor
in the deterioration of our electromagnetic environment. Within any electrical/electronic
system, power supply assumes a fundamental role by providing consistent and repeatable
power to its circuit. The increasing integration of power electronic circuit modules together
with the continuing growth in power density, switching speed and operating frequency have
resulted in a close interaction between electromagnetic, thermal and mechanical
considerations and a significant increase in unwanted parasitic effects. The rapid switching
capability of modern semiconductor devices (MOSFET, IGBT, etc) results in very fast
voltage and current variations which act on structures such as heatsinks generating parasitic
currents, voltage transients and radiated emissions. Altough much research has been carried
out on the cooling effect of heatsinks, little is known about their electrical effects. In this
thesis different heatsink configurations are analyzed in order to investigate the conducted and
radiated electromagnetic interferences associated to them. Particularly emphasis will be given
to the effects that a subdivision of the heatsink among the different switching devices may
have on the common- and differential-mode components of the conducted Electromagnetic
Interference (EMI) generated by the SMPS.

In order to design a power electronic system with properly controlled electromagnetic
interference the designer typically uses a set of established EMC rules to estimate various
electromagnetic parameters. The estimation of electromagnetic parameters is usually based on
simplified analytical expressions which are often very crude approximations of the physical
situation. This approach is valid for some applications but recent trends in power electronics
design optimisation necessitates the use of computer aided design tools for electromagnetic

parameter extraction. This thesis explores the use of computational tools and experimental



measurements to model and extract electromagnetic parameters of structures such as heatsinks

and printed circuit board interconnections.

1.2 Summary of contributions

The main contributions of this thesis are summarised as follows:

e The effects on EMI generation that a subdivision of the heatsink among the different
switching devices are investigated in terms of conducted and radiated emissions.

e A modelling technique for the design of power printed circuit boards (PCBs), that
combines SPICE circuit simulation, electromagnetic simulation and analytical
formulae, in order to predict accurately the power device switching waveform, is
presented.

e The influence of the geometrical characteristics and the position of the heatsink are

studied in terms of the electric far-field emission.

1.3 Outline of Thesis

Chapter 1 outlines the problem, describes the work and summarises the contributions of the
thesis.

Chapter 2 chronologically reviews the literature and describes the main results that
contributed to the results presented in this thesis.

The first part of the chapter 3 focuses on the influence that different heatsink configurations
have on the generation of conducted EMI in switched-mode power supplies. In order to
examine the common-mode voltage applied to the heatsink, the second part of the chapter
presents an efficient and effective modelling technique for accurate prediction of the
switching waveform of typical power converter systems.

Chapter 4 investigates by means of numerical simulations the influence that different heatsink
configurations have on the generation of radiated emission in the near and far field.

Chapter 5 concludes this thesis and discusses directions and suggestions for open problems.



CHAPTER 2

“Literature Review”

2.1 Introduction

An important aspect in the design of electromagnetically compatible electrical and/or
electronic systems concerns the power supply. Starting from the early 1970s, linear power
supplies have been progressively and extensively replaced by switching systems. Because of
the use of square waves with steep slopes, and their typical switching frequencies, that range
from a few kHz to about 300 kHz, switched-mode power supplies (SMPS) present indeed
higher efficiency and reduced dimensions and weight. On the other hand, these advantages are
counterbalanced by the generation of electromagnetic interference that appears as narrowband
noise signals, at the basic switching frequency and its harmonics [1], [2], as well as broadband
noise signals.

Until about ten years ago the open literature on EMI control and reduction techniques in
power electronics was primarily focussed on the analysis of MOSFET switching behaviour
and on experimental studies that relate switching waveforms and radiated EMI. The evolution
of power electronic systems towards higher switching frequencies, faster speeds, higher
integration densities and reduced volume have greatly increased the need for integrated
electrical analysis that comprises 3-D electromagnetic modelling and electrical circuit
analysis. The development of computers with increased speed has meant that numerical
techniques are becoming more effective in solving electromagnetic field problems like the
study of radiation and antenna patterns of heatsinks and modelling of power PCB
interconnections.

The EMI has the form of both conducted and radiated emissions. The former, that are a
primary reason of concern in SMPS, can be produced by differential-mode (DM) and
common-mode (CM) current and voltage components. In power electronics equipment CM

currents which engender conducted emissions originate from parasitic effects. In regard to



radiated emissions, it is known that they can be adequately estimated and predicted if EMI
source mechanisms and their relation to the circuit geometry are correctly modelled.
However, the sources of both CM and DM radiations in equipment may be of different nature

and difficult to define [3], [4].

2.2 The Role of Heatsinks in EMI Generation

In modern high-power equipment the fast operation of devices leads to heat generation due to
switching losses. This heat needs to be dissipated through a heatsink to keep the devices
within safe operating conditions. On the other hand, the noise coupled from the device to the
heatsink may cause it to act as an efficient antenna and radiate the noise at one or more
harmonics of the switching frequency. To minimize the total amount of radiated emission,
the heatsink must be electrically small in comparison to the wavelength A of the highest
frequency generated by the switching device. If any dimension of the heatsink is between A
and A/20, radiated EMI can be expected [5]. According to finite-difference time-domain
(FDTD) simulations of the electric far-field radiation from a simplified heatsink, such as a
thin rectangular sheet, there are two main dimensions to be excited, giving two fundamental
frequencies and subsequent harmonics which can be enhanced or suppressed by changing the
position of the excitation. The addition of fins on the heatsink could reduce the resonant
frequency but also increase the amplitude of the electric far-field radiation if they run across
the width of the sheet rather than the length [6].

Heatsink electromagnetic characteristics have been analysed for Very Large Scale Integrated
(VLSI) applications too. Due to increased operating frequencies of micro-electronic circuits
into the GHz region components such as heatsinks become efficient radiators of
electromagnetic energy. Today the problem of electromagnetic modelling of VLSI heatsink
emissions is a standard problem used to evaluate electromagnetic modelling tools [7]. The
application of numerical methods to electromagnetic modelling of heatsinks mounted on
VLSI circuits are explored in [8..10]. They show that a grounded heatsink may be an
effective way to reduce radiated emissions. The electromagnetic characteristic of the heatsink
is affected by different grounding positions but not necessarily by increasing the number of
grounding points. The location and number of ground point remains an open question for

further research [9].



2.3 Modelling Approaches for Heatsinks in Power Electronics

Heatsink applications in power electronic systems differ from heatsinks mounted on VLSI

circuits. A typical heatsink arrangement in AC/DC power conversion is shown in Figure 1.
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Fig. 1. AC/DC converter with ungrounded heatsink

Since grounding of a heatsink increases conducted EMI in many power -electronics
applications heatsinks are often not grounded. Heatsinks come in many different geometries
and sizes and operate with many different power devices. For thermal and structural reasons
an aluminium heatsink is often placed under the whole printed circuit board and the total
structure looks like a parallel planes waveguide. The ungrounded heatsink forms capacitive
coupling paths to ground. In order to reduce radiation the heatsink can be grounded at the cost
of increased common-mode currents to the power supply, escalating conducted EMI, [11].
Common-mode currents can be reduced by increasing the parasitic capacitance between the
power device and the heatsink but this may upset the cooling efficiency of the heatsink. Thus,
the connection of a heatsink to a power device and the packaging technology is a design issue
involving EMI and thermal performance.

The modelling of ungrounded heatsink is based on parasitic mode concepts that are suitable
for numerical simulations. The main issues are the implementation of the heatsink problem in
a computational space and the selection of the energy sources for the computation of the

parasitic capacitance.



2.4 EMI Control

There are many techniques to control EMI in power electronic systems, including reduction of
parasitic coupling [12], specialised circuit design (use of resonant converters [13], application
of variable frequency switching [14]) and direct control of EMI sources [15], [16]. If such
control techniques fail to sufficiently reduce EMI then EMI filters and shielding techniques
are often used to further reduce conducted and radiated EMI.

The most effective EMI reduction technique in power electronics design is to directly control
the main EMI sources. Unwanted effects including power loss and radiation of fields in the
vicinity of the converter can be reduced by controlling the rate of variation of the drain
voltage and current in a basic converter cell. This technique is applied and experimentally
validated in [15] and [16]. The design method introduced in [15] is based on the control of the
drain voltage slope by shaping the gate current in the main power switching devices. The gate
charge is controlled by using an additional current source in the gate circuit. The experimental
results have shown a reduction in the conducted and radiated emissions of the converter cell.
The same EMI reduction technique is used in [16] with the main focus on the analysis of EMI
radiational noise from converter systems. It is shown that the radiational noise is generated by
the oscillating current flowing through the IGBT’s output capacity and the snubber circuit.
This circuit, modelled as a high frequency equivalent circuit, produces switching waveforms
that can be related to the radiated EMI. The proposed noise reduction method, an active gate
drive circuit, reduces voltage rate in the reverse recovery diode and the turn-off overvoltages
in the IGBT. The effect of the above circuit on noise reduction was tested on a chopper circuit
with an IGBT module by using a measurement system that comprises a dipole antenna and a
spectrum analyser. It is shown that the technique is effective in reducing radiational noise.
The effectiveness of the technique was also tested by simulation of the radiated EMI noise.
The simulation results are based on the oscillating current in an equivalent circuit composed
of a snubber capacitor, the output capacitance of the IGBT, wiring inductance and circuit
resonance components. The magnitude of the electric far field is calculated from the loop
current of the equivalent circuit by far field formulae derived by [17].

Noise reduction techniques [15] and [16] focus on different types of noise such as near

magnetic fields and radiated far electric fields.
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CHAPTER 3

“Conducted Emissions from Heatsink”

3.1 Introduction

In the first part of the chapter an analysis of the influence that different heatsink
configurations have on the generation of conducted electromagnetic interference (EMI) in
switched-mode power supplies is provided. A prototype 7 kVA AC/AC voltage regulator with
four IGBTs was used for the purpose. A subdivision of its original large heatsink among the
switching devices is studied in order to emphasize the effects of the stray capacitance
variation on the common-mode component of the EMI. Measurements of conducted emission
and of its components were carried out and compared for three heatsink configurations.
Measurements of common-mode current from a single IGBT are provided as well.

In order to examine the common-mode voltage applied to the heatsink, the second part of the
chapter presents an efficient and effective modelling technique for achieving accurate
switching waveform for typical power converter systems. The main idea is to combine circuit
simulations (SPICE), electromagnetic (EM) simulations and analytical formulae, in order to
implement the most suitable method for a power supply circuit topology. The interconnection
model of a power printed circuit board (PCB) is based on the high frequency equivalent
circuit which relates the interconnection inductance to switching waveform of the power
device. The EM simulations based on Finite-Difference Time-Domain (FDTD) and Finite-
Element (FE) methods are used to analyse the behaviour of different layouts regarding the
parasitic effects. Finally, we propose a fast and efficient simulation technique to limit

computation time and to provide both transient and EM analysis for power PCB design.



3.2 Heatsink with Multiple Sources

The effects on conducted EMI generation of a stray capacitance variation for a large heatsink
onto which all power semiconductors are mounted, a solution widely adopted in most SMPS
in order to provide structural integrity to the converter and sufficient cooling, have been
treated in literature [1]. However, not as much emphasis has been given to the effects on
conducted EMI generation that a subdivision of the heatsink among the different switching
devices may have in SMPS. A prototype 7 kVA AC/AC voltage regulator, based on a PWM
technique with a constant switching frequency of 8 kHz, was used for the purpose. In Figure 1

is shown the circuit schematic of the voltage regulator employed in the tests.

Booster
Phase Stray Inductance transformer
I 55Vac
48A
———O
Output
PWM
8KHz
——10uF — 10uF
Stray Inductance
I
Neutral Neutral
O O

Fig. 1. Voltage regulator circuit

The load voltage is varied by controlling the magnetic flux linking a winding of the
transformer. The primary of the transformer is connected in series with the load, while the
secondary is shunted with a control device. The flux linkage is controlled by using two
switches each consisting in a couple of IGBTs. Three different heatsink configurations, shown

with the SMPS voltage regulator in Figure 2, are examined.

10



Fig. 2. Clockwise from top left: SMPS voltage regulator used in the
tests; original single heatsink; two heatsinks; four heatsinks.

The original large heatsink, onto which both IGBT couples are initially mounted, is
afterwards subdivided at first in two equal parts, with a switch onto each part, and then in four
parts, one for each IGBT. In this last configuration the heatsinks are not reduced to the same
dimensions as it is not particularly significant for the purpose of this analysis. The influence
of stray capacitances introduced by the different heatsinks is emphasized by means of
conducted EMI measurements, that are carried out through two line impedance stabilization
networks (LISN, 50€Q/50uH) in order to decouple the AC source from the SMPS. In Figure 3,
the high-frequency equivalent circuit of the SMPS, represented as a generic EMI source, and

the LISNSs is depicted.
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Fig. 3. Equivalent circuit of the LISNs as seen by a typical EMI source
in the conducted emission frequency range of use.

In order to separate the common-mode (CM) and differential-mode (DM) conducted emission
components, a noise separator that makes use of 0° and 180° power combiners is used [2].
The effects of grounding are also appreciated and highlighted. In the following section a
comparison of measurements on the different heatsinks used in the SMPS prototype is carried

out and commented on.

3.2.1 Conducted Emission Measurements

In order to carry out EMI measurements, a PMM 7000 EMI receiver (represented by one of
the two 50 Q loads in Figure 3) is connected to the signal terminals of a LISN through a 10
dB attenuator, whereas the signal terminals of the other LISN are terminated with a 50 Q
impedance. In Figures 4-9, the measured quasi-peak spectrum envelopes of the conducted
emission and its CM and DM components for the three grounded and ungrounded heatsink

configurations of Figure 2 are presented.
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Fig. 9. DM conducted emission spectrum for ungrounded heatsinks.

At lower frequencies, the trends are consistent with the self-resonant frequencies of the DM
loop formed by the input smoothing capacitor, the switches and their connecting wires, as

measured with the test arrangement depicted in Figure 10.
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Fig. 10. Measurement setup for the self-resonant frequencies of the DM loop.

The first peak at 193 kHz, present in both grounded and ungrounded configurations, can be
reconducted to DM emissions. In fact, it is still evident in Figure 8 and 9, but not in Figure 6
and 7. At higher frequencies, the trends agree with the self-resonant frequencies of the CM
loop formed by the series connection of the ground wire with the parallel of the two line wires
each in series with the internal stray capacitances of the SMPS. A schematic of the test

arrangement for the resonant frequencies of the CM loop is shown in Figure 11.
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Fig. 11. Measurement setup for the self-resonant frequencies of the CM loop.

The stray capacitances between the heatsink and the collector of each IGBT are indicated with
Ch-c, Whereas Gy is the capacitance between the heatsink and the ground. All the self-
resonant frequencies of the DM and CM loops were verified with a HP4192 Impedance

Analyzer. For example, three resonant frequencies (2.75, 5.6 and 8 MHz) were found in the
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frequency range of the analyzer (5 Hz to 13 MHz) for the grounded four-heatsink
configuration (see Figure 4). In this case, the resonant frequencies are in good agreement with
the peaks of the conducted emission spectrum. Comparing Figures 6 and 7 one can notice the
well known general effect of reduction of the CM component and, in turn, of the conducted
emission (see Figures. 4 and 5) achieved by not connecting the heatsink to ground [3]. This is
due to the reduction of the stray capacitance to ground that yields also an increase of the

frequencies of the peaks.
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Fig. 12. Heatsink to ground stray capacitance versus frequency for the
considered configurations.

Comparing the grounded configurations with the ungrounded ones, the unavoidable
measurement uncertainties make hard to define which are the best configurations, except for a
particular range of frequency around 5 MHz where a difference up to 10 dB can be noticed. In
this frequency range there is the peak most affected by the heatsink configuration. In the
ungrounded case (Figures 5 and 7) the decreased heatsink to ground capacitance due to the
subdivision of the heatsink (see Figure 12) gives the best result for the four-heatsink
configuration. However, this behaviour is upset in the grounded configuration because the
inductance of the connection to ground plays the major role. In fact, the four wires in parallel
that connect the single heatsink to the ground are reduced to two in parallel for each heatsink
in the two-heatsink configuration and to one only for each heatsink in the four-heatsink

configuration. In Figure 13 are shown the schematics of the ground connections and the

17



switching devices location on the heatsinks. The currents flowing in these ground connections

generate CM voltages proportional to the relevant equivalent inductances.

Fig. 13. Schematics of the ground connections and the switching devices location.

In Figure 14, the CM conducted emissions for the one-heatsink configuration with two and

four connections to ground, respectively, are shown.
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Fig. 14. CM conducted emission spectrum for one-heatsink configuration
with two and four connections to ground.

The increase of the CM conducted emission for a higher inductance of the heatsink to ground
connection is clearly visible around 5 MHz. From Figures 8 and 9, it can be noticed that the
subdivision of the heatsink influences also the DM component of the conducted emission for
frequencies higher than 500 kHz. The influence on DM conducted emission seems to be
greater for the grounded configurations with two and four heatsinks for the not negligible

inductance of the connection to ground, Figure 8. In fact, from the point of view of the DM

18



signal, the partial inductances of the ground connections in the configurations with two and
four heatsinks are in series and the currents flowing in these ground connections generate DM
voltages proportional to the relevant equivalent inductances. With the ungrounded heatsinks
the series of the stray capacitances between a heatsink and the adjacent one leads to an
equivalent impedance much higher for the DM signals (in the order of kQ), blocking any DM

currents to flow between a heatsink and the adjacent one, Figure 9.

3.2.2 Common-Mode Current Measurements

The commutation loop of the IGBTs of the voltage regulator used in the tests, includes the
equivalent stray inductances of the interconnections between the snubber capacitor and the
IGBTs, Figure 1. These inductances are not negligible and contribute significantly to the
generation of interferences during the switching operations of the power electronic devices.

To study the CM currents from a single IGBT, the configuration with four heatsinks is
adopted and a current probe is used to measure the currents flowing through the connection to
ground of a single heatsink. From Figure 15, it can be noticed how the CM currents are
produced and conducted to ground through the heatsink at every turn-on and turn-off of an

IGBT (for instance, IGBT T1).

véltage (x100 V)
ampere (A)

Turn-off Turn-on

0 20 40 60 80 100
time (s)

Fig. 15. Collector to emitter voltage of the IGBT T1 and relative CM currents along the
connection to ground of the heatsink.
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In Figure 16, the measured current waveform at the turn-off of the IGBT T1 is shown. It

consists of an initial peak followed by an oscillating waveform with frequency around 5 MHz.
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Fig. 16. Measured CM current waveform through the connection to ground of the heatsink
during the turn-off of the IGBT T1.

Most of the high frequency components of these currents can be blocked placing an inductor

in the connection to ground of the heatsink, Figure 17.
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Fig. 17. Measured CM current waveform through the connection to ground of the heatsink
during the turn-off of the IGBT T1, after the application of a CM inductor in the ground
connection.

The inductor is constructed by winding several turns of the ground connection around a ferrite
toroid with suitable characteristics over the conducted emission limit frequency range, [4].

This type of inductor is also called common-mode choke. Using a lumped inductor in the
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ground connection, instead of a common-mode choke, is undesiderable because the solder
joint may become defective, opening the safety wire path and leaving a potential shock hazard
in case of fault. The inductance value of the common-mode choke is around 30 uH at 5 MHz.
In Figure 18, the measured current waveform at the turn-on of the IGBT T1 is depicted, while
Figure 19 shows the current through the same connection after placing the CM inductor in the

ground connection of the heatsink.
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Fig. 18. Measured CM current waveform through the connection to ground of the heatsink
during the turn-on of the IGBT T1.
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Fig. 19. Measured CM current waveform through the connection to ground of the heatsink
during the turn-on of the IGBT T1 after placing an inductor in the ground connection.

Figures 20 e 21 show the measured spectra of the CM current through the connection to
ground of the heatsink during the switching operations of the IGBT T1 in the frequency range
0-60 MHz and in the range 0-10 MHz, respectively. How it can be noticed, the harmonic
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content of the CM current is particularly high in the range from 20 to 40 MHz. The inductor
eliminates the higher harmonics of the CM current flowing through the ground connection of

the heatsink.
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Fig. 20. Measured CM current spectrum.

At lower frequencies, the peak around 5 MHz is decreased of 10 dB with the introduction of

the common-mode choke.
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Fig. 21. Measured CM current spectrum.
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In the CM conducted emission spectrum below, the peak at 5 MHz can be easily identified.
However, the main frequency of disturb in the CM conducted emission spectrum is the peak
between 3 and 4 MHz. This peak can be related with the initial peak of the CM current time
waveform of Figure 16. In terms of conducted emission, the use of a single inductor in the
ground connection of the heatsink of a single switching device (one of the four heatsinks of
the configuration with four heatinks), is a convenient way to reduce EMI, Figure 22. Using a
common-mode choke for each switching device of the SMPS leads to a reduction of the peak
around 5 MHz, but at the same time, for the increased equivalent inductance of the ground
connections, shifts the main peak of disturb towards lower frequencies. The currents flowing

in these ground connections generate CM voltages proportional to the relevant equivalent

inductances.
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Fig. 22. CM conducted emission spectrum.
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3.3 Switching Waveform of Power Electronic Devices

In power electronics, EMI sources are typically related to the switching waveform of power
devices. In order to limit the CM currents at the design level of the SMPS, it’s necessary to
limit the overvoltages at the transistor terminals caused by the switching operations.

In this section, the model of power device switching waveform in relation to interconnection
inductances is introduced. Switching waveforms are often analysed in four operating phases;
turn-on transition, oscillating (ringing) phase, turn-off transition and post oscillating (ringing)
phase [5], [6]. The frequency content and the amplitude of the switching waveform during the
oscillating phases depend on the inductance of the interconnections and internal capacitances
and resistances of the power devices in the commutation loop.

Figure 23 shows a SMPS circuit consisting of the diode-transistor commutation loop, the low-
pass filter and the load. The interconnection inductance of the loop is divided into three
fundamental parts: inductance between the positive pole of the battery (Vpc) and the
MOSFET switch, L;, inductance between the positive pole of the battery and the snubber
capacitor Cs, Ly, and inductance of the common-mode return path between the drain and the

negative pole of the battery, L.
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Fig. 23. Switched Mode Power Supply circuit

These parasitic inductances induce overvoltages so that the drain voltage waveform consists

of transient and oscillating parts (Figure 24).
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Fig. 24. Measured switching waveform (drain voltage).

During turn-on, the load current commutates from the freewheeling diode to the MOSFET.
When the drain voltage reaches the supply voltage and the diode starts to recover, the
MOSFET conducts and common-mode noise is produced. At this phase of the turn-on, the
non linear output capacitance of the MOSFET, Cgg, is no longer present in the simplified

circuit of Figure 25, while the diode can be replaced by its internal junction capacitor C;.

Fig. 25. HF equivalent circuit during the oscillating phase of the turn-on.

The voltage oscillations are mainly dependent on the value of L;+L,. The expression of the

drain voltage in the frequency domain is the following:
. 1
Vd = Jo- L1+L2_a)2—.c:s 'Iloop (1)

Stray inductance combined with the diode recovery di/dt leads to high voltage transients
across the diode. For bridge configurations, such as a voltage-source inverter, this overvoltage
also appears across the anti parallel transistor and can lead to junction breakdown in the
power devices.

The turn-off process of the MOSFET is accompanied by a transfer of load current to the
freewheeling diode. The presence of the stray inductances causes overvoltage across the
transistor terminal with high frequency oscillations which increase the EMI generated by the

system, Figure 24. After the drain current reaches zero a voltage ringing is observed on the
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drain. The diode is now conducting and in the equivalent circuit of Figure 26, C; is no longer

present.

I—1 Coss
L, %
Cs L

Fig. 26. High frequency equivalent circuit during the oscillating phase of the turn-off.

The ringing is strongly dependent on the value of Ls.

Vd :ja)'L3'|Ioop (2)

If the heatsink is grounded, an insulating layer is present between the drain of the transistor
and the heat sink forming a coupling path for the high frequency oscillation current generated
by the drain voltage. The contribution of this capacitance to the common mode current is not
negligible because its value is in the order of hundreds of pF, and the dV/dt produced at the

semiconductor terminals is maximal.

3.3.1 Inductance Models

The significance of parasitic impedances of connecting structures in power electronics (PCB
interconnects, component leads and wires) increases with frequency and influences switching
transient behaviour and conducted and radiated EMI noise. Design aspects such as physical
layout and interconnect routing require accurate switching waveform models and extraction of
parasitic parameters. Modelling and simulation of power semiconductor device (MOSFET
and diode) switching waveforms in power converter circuits are presented and discussed in
[7] and [8]. The switching waveform modelling [7] is based on an expression for overvoltage
during MOSFET turn-off which incorporates stray inductance as a parameter in the circuit
design. The stray inductance is computed by the Partial Element Equivalent Circuit (PEEC)
method which attributes a certain amount of inductance and resistance to each part of a

conductive structure. This results in a lumped parameter circuit model which describes the
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circuit behaviour due to parasitics and can be easily implemented in SPICE simulations. The
other approach is to model typical power electronic interconnections as RLC ladder networks
(T or II-networks) [8]. Interconnection parameters are calculated by inductance, capacitance
and resistance analytical formulae of planar and round conductors over ground planes. The
advantage of using analytical formulae for the design is in their direct relation to the physical
dimensions of the connecting structures.

Power PCB connecting structures are less complex than Very Large Scale Integrated (VLSI)
interconnections but with increasing frequency the size of power converter circuits and
metallic structures becomes comparable with signal wavelengths thus numerical approaches
become essential as is the case with VLSI circuits. Currently, electromagnetic field simulators
based on numerical methods are used to analyse EM behaviour and to extract parasitic
inductance of power PCBs. However, EM simulations may require long computing time due
to large topologies of printed conductors with multiple access points. Therefore analytical and
numerical EM methods are combined to adopt the most suitable method for each specific
PCB topology [9] in order to conciliate the reduction of computing time with reasonably
accurate EM analysis.

In the following two subsections the analytical and numerical inductance models for two

circuit topologies (PCB traces) are described.

A. Lumped Models: Transmission Line Method

The transmission line models used are based on a PCB layout with large copper lands and a
layout with ordinary traces. The layout with the large copper lands corresponds to a coplanar

waveguide and the layout with the ordinary traces corresponds to a coplanar strip (Figure 27).
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Fig. 27. PCB layouts: (a) coplanar strips, (b) coplanar waveguide.

A coplanar strip structure typically represents power converter PCB lands (Figure 27a).

Partial inductance formulae [10], [11]:

L, = 2x10_7|{ln(2—|j+l} 3)
w) 2

e LR ORISR ORY "

are used to estimate the trace inductances, taking into account the width w, length | and
distances s of the traces where L, and M, represent the self and mutual partial inductance
between PCB lands for I/w >> 1. Thus, the inductance per unit length can be simply
multiplied by the length of the three fundamental interconnections.

The characteristic impedance and inductance per unit length of a coplanar waveguide layout
(Figure 27b) can be calculated by the formulae [12] given in the Appendix. Table 1 shows the

calculated inductances.

Table 1. Calculated Interconnection Inductances

Interconnections | Coplanar | Coplanar
inductance strip-line | waveguide
L; [nH] 58 29
L, [nH] 50 13
L; [nH] 158 61
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B. Distributed Models: the FE and FDTD Methods

This section presents the distributed models of stray inductance in the switching circuit. The
model is based on the loop inductance concept [13] that is adopted and analysed in [14].
Unlike partial inductance approach [15], this approach focuses on the high frequency
equivalent circuit formed of the diode-transistor commutation loop as it is explained in
Section 3.2. The diode-transistor commutation loop is modelled using the FDTD [16], and FE
(High Frequency Simulation, HFSS), [17] methods.

The FDTD technique divides the computational space up into cubic cells with the electric and
magnetic fields discretised in the manner of these cells. The fundamental constraint on the cell
size is that it must be much less than the smallest wavelength for which accurate results are
desired. Moreover, in our geometries, the cell size cannot be bigger than 2 mm to properly
design the tracks width and the cell size width. Liao absorbing boundary condition [16] are
used to the outer boundary. The selection of the waveforms depends on the required output
results. Hence, in this paper we use a Gaussian pulse to provide a broadband input which is
suitable for typical output results versus frequency, such as input impedance computations.
The pulse width and the simulation time steps are chosen in order to get the voltage port
signal attenuated to zero by the end of the simulation. To analyze the inductance of a loop, the
voltage and the current time waveform are monitored at the excitation port and later processed
and transformed into the frequency domain. The input impedance of the system is calculated

from the voltage-to-current ratio:

Z(ja)):v(js))) 5)

The HFSS technique is based on the Finite Element Method and scattering parameter analysis
[17]. The FEM is one of the known methods for the solution of partial differential equations
in applied mathematics and computational mechanics. Unlike the FDTD method, where the
computational space is divided into cubic cells, the FEM permits very general geometrical
elements and usually only uses one grid. The HFSS code meshes the structure automatically,
and then refines the mesh until a negligible change in S-parameters is reached from one
iterative pass to the next. To compute the input impedance, the scattering parameters are
calculated at the excitation port and then converted in Y and Z parameters in the frequency

domain.
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In order to examine how the stray inductance of complex loops influences EMI we apply
FDTD and HFSS modelling to a coplanar strip layout (Figure 28) and to a coplanar
waveguide layout (Figure 29) of the same diode-transistor commutation loop circuit. In the
FDTD model, the computational space consists of 110x80%40 cells of 2x1x1 mm size and the
excitation source is a Gaussian pulse. In HFSS model the solution frequency is 100 MHz and

the total size of the computational space is 200x 200x40 mm.

5 A o P R

Fig. 29. Coplanar waveguide layout (HFSS model).

The imaginary part of the input impedance (5) is computed over the frequency range 150
kHz-50 MHz, which is big enough to contain the frequency content of the conducted emission
from SMPS [18]. In this range the impedance trends are linear (Figure 30) therefore the
overall inductance can be treated like the sum of three components as it is shown in Section
II. The real part of the input impedance is negligible in the frequency range under study if
compared with the internal drain to source resistance of the main switching device. The

extracted coplanar strip inductance is 270 nH while the coplanar waveguide inductance is 103
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nH. These values are in good agreement with those calculated by analytical formulae and
shown in Table 1. This shows that the stray inductance can be reduced significantly when the

coplanar waveguide traces are used in the layout.
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Fig. 30. Imaginary part of the input impedances for the FDTD and HFSS models.

The distributed inductance models in this section are limited to specific topologies and do not
take into account the real return current path that contributes to the interconnection

inductance.

3.3.2 Circuit Simulations and Measurements

In order to model switching waveforms of the SMPS circuit and relate them to the stray
inductance of the commutation loop, the values of the extracted inductances are inserted
together with the internal capacitances of the devices in the PSPICE circuit (Figure 31). The
MOSFET and diode parameters are taken from the datasheets [19] and inserted through the
model editor in the general device models [20]. The values of the MOSFET switch and drain
lead inductances are also introduced in the model. The control section is simulated by an

equivalent square wave pulse generator V, supplying the gate of the switching element.
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In the experimental layout the gate wires are located as far as possible from the commutation
loop to avoid inductive coupling. Internal series inductance and resistance of the electrolytic
capacitor has been neglected for the low value of the snubber capacitor. The adopted probe is
a Tektronix P6245 voltage probe with bandwidth from dc to 1.5 GHz. Since the heat sink has
no influence on the measured results, we do not include it in the PSPICE circuit.

The PSPICE simulations are compared with the measurements of the drain voltage between
the node d and the negative pole of the battery, during the oscillating phase of the turn-on and
the turn-off.
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Fig. 31. PSPICE simulation circuit of a buck converter.

Simulation and measurement results for the coplanar strip layout are shown in Figure 32 and
34. The frequency of voltage oscillations during turn-off is about 17.5 MHz that corresponds
to a period of the drain voltage ringing of 57 ns.

Figures 33 and 35 show the simulated and measured results for the coplanar waveguide
layout. The period of the drain voltage oscillations at turn-off is about 35 ns that correspond
to a maximum frequency of 28 MHz.

Simulated waveforms of Figure 32 and 33 show the additional high frequency ringing due to
the oscillating current on the diode during the reverse recovery time. The junction capacitance
of the diode is 15 pF. This value strongly influences the duration and the amplitude of this

secondary ringing.
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Fig. 32. Switching waveform during turn-on (coplanar strip layout).
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Fig. 33. Switching waveform during turn-on (coplanar waveguide layout).

33



2 T T T T T

Measured

15 Simulated ——

MY

voltage (V)
o
1 =

0 100 200 300 400 500 600 700 800
time (ns)

Fig. 34. Switching waveform during turn-off (coplanar strip layout).
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Fig. 35. Switching waveform during turn-off (coplanar waveguide layout).

The PSPICE simulations match well with the measurements of the drain voltage. The
amplitude and the oscillating period of the drain voltage waveform increase proportionally
with the loop inductance. In particular, it is shown that the turn-on waveform depends on the
inductance between the switch and the bus DC, while the turn-off waveform is dependent on

the inductance of the return path.
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3.3.3 Common-Mode Current Calculation

The CM current flowing through the connection to ground of the heatsink is related with the

drain voltage (Figure 31), by the following relation in the frequency domain:

Vd—o (S) — Vd—o (S)
Zd—o (S) SLh70 +

lew (8) = (6)

S h-d

where Z4., is the impedance formed by the series of the stray capacitance (Cy.q), introduced by
the thin insulating layer located between the heatsink and the MOSFET (Figure 23), and the
self partial inductance of the grounding connection of the heatsink L., [10].

For a unit impulse voltage, expression (6) become:

o () == S )

sL,,_, +

S h-d I—h—oC h-d

The Inverse Fourier Trasform is given by:

Iy (1) = -cos(@y_,t) 8)
h-o
with
1
a)d o~
I‘h—oc':h—d

During the oscillating phase of the turn-off of the MOSFET in the SMPS of Figure 23, the

excitation signal waveform is a damped sinusoid (Figure 34):

vy, (t) =exp ™ sen(at) )
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The substitution of the FFT of (9) into equation (6) yields the following expression:

w
(s+a)’ +o’

ICM (s)= 1

sL, , +

S h-d

The theory of partial fractions allows this complicated fractional value to be decomposed into
a sum of small, simple fractions.

To calculate the common-mode current due to the oscillating phase of the turn-off of the
MOSFET in the SMPS with coplanar strips (Figure 34), the following parameters are

introduced:

_ . rad ~107 rad
w=2r-17e6 4ec~1o

sec

a=7el

Lho=5nH (calculated)

Cha =150 pF (measured)
N S
(s+a)’ +a’ ® sCy_4 w Lo

lew (8) = ) 2 22 ) 2 2 T2 2 =
sl 4+ s+a +2sa+w sL,_C, +1 s +a +2sa+w (S +wd-o)

h—o
SChg

2e!®.s As + B Cs+D

= = +
(s> +1e' +14e%s)-(s> +133.3¢")  s? +1e'° +14e’s s> +133.3¢"

The constants A, B, C and D can be determined by using an algebric method.

0.0155—12.29¢° 3 0.015s +713e*
s +1e'"°+14e’s  s?+133.3¢"°

lew (8) =

The common-mode current in the frequency domain can be written in the following form:

8

s+7e° le s 0 1.15%°

1,,(5)=0.015- -0.24- -0015—-0. —_—
) (s+7eé)2 +(1e%) (s+7%) +(1e*) s +(1.1%°) s +(1.1%°)
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Doing the inverse Fourier transform of each term, the time waveform for the calculated

common-mode current become:
iy, (1) = 0.015-exp(=7e°t) - cos(le’t) — 0.124- exp(=T7e’t) - sen(le’t) — 0.015- cos(l.15¢’t) — 0.0062- sen(1.15¢°t) A

Figures 36 and 37 show the time waveform of the common-mode voltage during the

oscillating phase of the turn-off and the calculated common-mode current flowing through the

grounding connection of the heatsink.
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Fig. 36. Common-mode voltage during the oscillating phase of the turn off.
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Fig. 37. Common-mode current during the oscillating phase of the turn off.
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3.4 Summary

The influence of different heatsink configurations for SMPS on conducted EMI and on its CM
and DM components is considered in the first part of the chapter. It is emphasized the effect
of the stray capacitances introduced by three different heatsink configurations through
conducted EMI measurements. The comparison shows only slight differences among
conducted emission measurements for the considered heatsink configurations. The difference
of few dB among the results may be confused with measurement errors. However, for a little
range of frequency around 5 MHz, changes in the heatsink configuration lead to variations up
to 10 dB, giving the ungrounded four-heatsink configuration the lowest emission. The
advantage of reduction of the stray capacitance to ground is lost in the grounded configuration
due to the not negligible inductance of the connection to ground.

The main frequencies of disturb in the CM conducted emission spectrum can be reduced by
subdividing the heatsink among the switching devices of the main commutation loop, and by
using a common-mode choke on the connection to ground of one heatsink. This new filtering
technique is verified by experimental results. Using a common-mode choke for two or more
switching device can leads to a saturation of the inductor, while using a common-mode choke
for each switching device increase the overall impedance of the connections to ground.

The objective of the second part of the chapter is to study and predict the effects of power
PCB interconnection inductances on the switching waveform of the power device. In order to
limit the CM currents at the design level of the SMPS, it’s necessary to limit the overvoltages
at the transistor terminals caused by the switching operations. A modelling solution that
focuses on the high-frequency equivalent circuit of the power supply is proposed. Since in the
frequency range of 150 kHz-50 MHz the interconnection impedance trends are linear, lumped
inductance models are used in the equivalent circuit.

The simulation of complex topologies in power electronics requires the prediction of EM
coupling effects. Therefore, distributed models of stray inductance for coplanar strip and
coplanar waveguide topology of the switching circuit are also investigated using the FDTD
and HFSS based simulations.

The described and proposed modeling technique is verified by measurements and PSPICE
simulations. Overall, the results validate the use of HF equivalent circuit and lumped
inductance models for the design of power electronic circuits.

The results in this chapter were published by the author in [18] and [21].
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Appendix

Calculation of the coplanar waveguide transmission line parameters [12]

1) Calculation of geometrical parameters of coplanar waveguide see Fig. 5b.

k=2

b
k'=y1.0-k
k;%, L= 10—k

2) Calculation of characteristic impedance and effective permittivity

3037 K(k)

0
eatr s K(K0)
geff —1.0
Ceff t = %efl 5 a)/2.0 K(K) w
07t K(k")
& —1.0 K(K)K (k)
20 K(kK(k)
K(K) =v1.0—k?
K(k) _ 2.07
K(k") o 0«/1.0+k‘ +44.0k'
10+ k' — Y40k

Eeff = 1.0+
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CHAPTER 4

“Radiated Emissions from Heatsink”

4.1 Introduction

In switched-mode power supplies (SMPS), many switching devices (IGBTs and MOSFETS)
are usually mounted on a single heatsink. This kind of supply may be the source for common-
mode currents that can find in the heatsink a path to the ground. The surface current density
distribution on the heatsink radiates also fields in the near- and far-field regions. Although to
a lesser extent, SMPS are in fact a reason for concern also for radiated emissions [1]. Even
though the switching frequency of the devices is in the order of tens of kilohertz, unwanted
radiated emissions can be expected in a broad frequency range [2]. This chapter investigates
by means of numerical simulations the influence that different heatsink configurations have
on the generation of radiated emission. The effects of a subdivision of the heatsink among the
different switching devices of a SMPS are examined. The plots of the electric near and far

field for different excitation conditions are analyzed.

4.2 Application of Numerical Methods

Electronic systems are moving toward higher circuit complexity with faster operating
frequencies and consequent rapidly increasing generation of electromagnetic compatibility
issues. The increased switching frequency greatly increases the significance of the inevitable
structural inductances and capacitances. Parasitic effects in power electronic converters are
associated with structures such as Power Circuit Board (PCB) interconnects, heatsinks and
semiconductor packages. Hence the 3D Maxwell equation based computational tools that
extract electromagnetic parasitic parameters become an integral part of the design

methodology.
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Electromagnetic parameters can be estimated using different computational tools and
methods. The common tools for electromagnetic analysis used in power electronics are based
on the Partial Element Equivalent Circuit (PEEC) and Finite Element (FE) methods. The
PEEC method models interconnections (conductors) as partial inductors and resistors which
become directly available for automatic insertion into a netlist readable by SPICE programs
enabling simulations of power converters that include the influence of interconnects [3]. The
use of this method provides a solution in the form of an equivalent circuit.

The 3D FE method used to solve the Maxwell equations in the harmonic time behaviour is not
suitable when parameter estimates over a wide frequency range are needed. Time-domain
computations suit the transient nature of power electronic systems and time-domain data can
be easily converted into the frequency domain.

The Finite Integral Technique (FIT) is the method of choice in this thesis to investigate the
radiated emissions from heatsink. First proposed by Weiland in 1976/1977 [4], FIT provides a
universal spatial discretization scheme, applicable to various electromagnetic problems,
ranging from static field calculations to high frequency applications. The spatial discretization
of the integral form of the Maxwell’s equations is performed on two orthogonal grid systems,
created by splitting up the calculation domain into several small cuboids. It can work with a
wide range of stimuli (disturbance sources), objects, environments and response locations and
provides transient electromagnetic solutions for complex systems with a wide range of objects
(conductors, dielectrics and metallic bodies). These capabilities make FIT applicable to
electromagnetic modelling of power electronic systems that operate with naturally generated

transient effects.

4.3 Modelling of Heatsink Electromagnetic Characteristics

Three heatsink structures are examined: a single heatsink with four sources, two heatsinks
with two sources each, and four heatsinks with one source each. The heatsink structures
considered in the simulations are shown in Figure 1. The two- and four-heatsink
configurations are obtained subdividing the width of the single heatsink in two and four equal
parts, respectively. In order to simulate the ground reference plane, the base of the mesh
region is modelled as a perfect conductor, whereas open space conditions are satisfied on the

other mesh region boundaries. The distance between the ground plane and the heatsinks is
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fixed to 3 cm, according to the separation distance between the PCB and the heatsinks in the
voltage regulator used in the tests. To represent the collector to emitter voltage of each

transistor a discrete source (port) is added between the heatsink and the ground plane.

(e

Fig. 1. Heatsink configurations examined. (a) One-heatsink structure (255x150x25 mm), (b) two-
heatsink structure (2x120x150x25 mm), (c¢) four-heatsink structure (4x55x150x25 mm).

This port type is modelled by a lumped element, consisting of a current source with an inner
impedance, which excites and absorbs power, Figure 2. The current source will only be
active, when the discrete element is the stimulation port in the transient analysis. This port
realizes an input power of 1W.

Fig. 2. Stimulation port
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Each structure is excited by a sequence of four pulses simulating the generation of high-
frequency harmonics of switching currents in the IGBTs of the SMPS considered. The
behaviour of the heatsink can then be examined in a broad range of frequencies [2]. Four ports
fed with a normalized Gaussian pulse having a width of 3 ns are used for the purpose, Figure
3. The results obtained for each port one at a time are then combined in time by choosing

appropriate time delays among them.

A
/o
A
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time (ns)

Fig. 3. Normalized Gaussian pulse.

In order to simulate the IGBT collector and the stray capacitance introduced by an insulating
layer, a thin metal layer and a polyimide one are inserted in the model between each port and

the heatsink, Figure 4.

Fig. 4. Source model.

4.4 Numerical Simulations

4.4.1 Near-Field Radiation

The electric near field is analyzed in terms of the surface current density distribution on the

heatsink configurations. Figures 5 and 6 show the two-dimensional plots of the maximum
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values of the electric near-field magnitude reached in the time interval in which the ports 1
and 2 are excited one at a time, respectively. The plots refer to a cross-sectional view along
the width at 4 cm from the sources. In the structures with two and four heatsinks, it can be
noticed that the major values for the electric field are located in the gap/gaps between the
excited heatsink and the adjacent unexcited one/ones. The four-heatsink configuration
generates the highest emission in both simulations. Moreover, the excitation of the port 1
produces the major emission. Results for the ports 3 and 4 are not reported for symmetry

reasons.

(:j\ T
o

0| D 500 V/m

Fig. 5. Plots of the maximum values of the electric near-field magnitude during the excitation of
the port 1 only, in a cross section at 4 cm from the sources.
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Fig. 6. Plots of the maximum values of the electric near-field magnitude during the excitation of
the port 2 only, in a cross section at 4 cm from the sources.

Figures 5 and 6 show that for the one-heatsink configuration the highest values of the electric
field are in the space volume between the heatsink and the ground plane, whereas for the two-
and four-heatsink configurations they are between the excited heatsink and its adjacent ones.
This is reasonable being the distance between two adjacent heatsinks less than that between a
heatsink and the ground plane. Figure 7 depicts the two-dimensional plots of the electric near-
field magnitude at an instant in which the port 2 is excited during the whole sequence of
excitation.
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Fig. 7. Plots of the electric near-field magnitude at an instant of the excitation of the port 2 only
in a cross section at 4 cm from the sources.

As in Figure 6, the highest values for the electric field are still found in the gap/gaps adjacent
to the excited heatsink. In Figure 8 the surface current density distribution on the different
heatsink structures generated by the excitation of the port 2 is shown. These distributions refer
to the same instant of Figure 7.
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Fig. 8. Plots of the surface current density distribution at an instant of the excitation of the port
2 only in a cross section at 4 cm from the sources.

It can be noticed that in the structures with two and four heatsinks the surface current density
is present in the facing boundaries between two adjacent heatsinks, one of which is excited.
This phenomenon may be related to a reactive (capacitive) effect, that may be, in turn, the

cause of higher electric field magnitude values in these regions. How can be noticed in Figure

9, this phenomenon interest only the lower frequencies.
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Fig. 9. Imaginary part of the input impedance in correspondence of Port 2.

The boundary of the reactive near-field region cannot be easily identified. In fact, a single
heatsink can be studied as an idealized monopole or dipole antenna [2], [5]. In this case the
outer boundary of the reactive near-field region is commonly taken at a distance [6]

R, = O.GZJDTA 1)

where D is the largest dimension of the antenna and 1 is the wavelength at the frequency of
interest. Differently, for the configurations with two and four heatsinks, it is more difficult to
find the boundary of the reactive near-field region because, even if we represent each heatsink
as a dipole antenna, the reactive energy flow around the heatsinks must be taken into account.
Nevertheless, adopting (1), we obtain R; = 0.142 m for D = 250 mm and 2 = 0.3 m
(wavelength corresponding to 1 GHz). For the dimensions of the system and the frequency
range considered, the transition between the near- and far-field regions may be taken at a

distance equal to R;.

50



4.4.2 Far-Field Radiation

The electric far field versus frequency is obtained transforming the time-domain waveforms
into the frequency domain and the influence of the heatsink geometry and source location is
considered.

According to finite-difference time-domain (FDTD) simulations of the electric far field
radiated from a simplified heatsink, such as a thin rectangular sheet, there are two main
dimensions to be excited, giving two main resonant frequencies. The addition of fins in the
heatsink can reduce the resonant frequencies, whereas the value of the electric far-field
radiation can be increased if they run parallel to the width of the sheet instead of the length
[2].

To highlight the effects on the resonant frequencies of the heatsink width and the fins,
simplified heatsinks, consisting of rectangular metal sheets, are considered first. In Figure 10
the electric far-field magnitude at a distance of 1 m versus frequency radiated by three sheets
of 5 mm of thickness and 150 mm of length is depicted. Two sheets have a width of 20 mm
and 55 mm, respectively, and one of 55 mm and fins on it. Each simplified heatsink is excited
with the same source as the original one, located in a central position close to the narrowest
edge of the heatsink. It can be noticed that in the 20 mm width sheet, the main resonant
frequencies correspond to a wavelength double and quadruple of the longest dimension (i.e.,
the length): they are about 1 GHz and 500 MHz, respectively. The former resonance plays the
major role. Increasing the width of the sheet and adding fins decreases the resonant

frequencies.
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Fig. 10. Electric far-field magnitude at a distance of 1 m versus frequency for a simplified

heatsink

These resonances are still visible in Figure 11, which shows the electric far-field magnitude at
a distance of 1 m versus frequency for all the heatsink configurations examined exciting the
port 1 only (a) and port 2 only (b), respectively. The correspondence with Figure 10 is more
marked for the four-heatsink configuration, as in this case each heatsink has dimensions
closer to those of the simplified heatsink. Differences between the two- and four-heatsink
configurations are not particularly significant in the whole frequency range. Differently, the
position of the excitation port affects the electric field radiated by the single heatsink. As it
can be noticed in Figure 11, locating the excitation source close to a corner of the heatsink
yields to a higher radiated electric field at about 550 MHz, that is a frequency close to the
resonant frequency corresponding to a wavelength double of the heatsink width.
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Fig. 11. Electric far-field magnitude at a distance of 1 m versus frequency. Excitation of port 1
only (a) and port 2 only (b)

The influence of the source position on the electric field radiated by the single heatsink can be
investigated by studying the electromagnetic field within the air substrate between the
heatsink and the ground plane. The electromagnetic field within the air substrate can be found

by treating that region as a cavity bounded by perfect electric conductors at the top and
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bottom surfaces (tangential electric fields vanish along these two surfaces) and by perfect
magnetic walls along the perimeter of the heatsink (tangential magnetic fields vanish along
those four walls), [6]. When the height % of the substrate is very small (2 << 1 where 4 is the
wavelength within the air substrate), the field along the height E. can be considered constant.
In addition, the fringing of the fields along the edges of the heatsink is also very small and the
electric field is nearly normal to the bottom surface of the heatsink. Therefore only TM field
configurations can be considered within the cavity. The field configurations within the cavity
can be found using the vector potential approach described in [6]. Resonances due to the

geometrical dimensions of the cavity are expected at the following frequencies:

() () (5]

where c is the speed of light and m, n, p represent the number of half-cycle field variations

along the x, y, z directions, respectively. The numerical simulations are used to validate the
theoretical values from (2). A simplified single heatsink, consisting of a rectangular metal
sheet, is considered first, Figure 12. The stimulation port is located alternatively in the

positions a, b and c.

W=25.5 cm /

@ _
c L=15 cm

Fig. 12. Bottom surface of the heatsink and source positions.
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The mode with the lowest resonance frequency is generally the dominant mode. If W > L >>

h, the dominant mode is the TM1oo Whose resonant frequency is given by

c

(f r )100 = W 3)

Since in our case is also W > L > W/2 > h the second order mode is the TMyi, Whose

resonant frequency is given by

c

(fz )010 = Z (4)

The resonant frequencies for the first five modes are listed in Table 1. Because the small value

of i the mode number p is always zero at low frequency and it’s not mentioned in the Table 1.

Table 1. Resonant frequencies in MHz - Input Impedance (real part) in

m n ﬁ theo ﬁ'l ,num ﬁ2, num ﬁ'_?, num a b C
(0/0) (12.5/0) | (12.5/7.5)

1 0 588 588 580 510 271 - -

0 1 1000 985 940 710 118 122 -

1 1 1160 | 1130 | 1105 895 293 - -

2 0 1176 1155 1135 980 293 141 121

2 1 1544 1520 1485 1260 240 - -

Columns 1 and 2 indicate the mode numbers for the first five resonant frequencies. Column 3
lists the theoretical values of the resonant frequencies calculated by formula (2) for a cavity of
dimensions 255x150x1 mm. Column 4 shows the resonant frequencies obtained from the
numerical simulation for a conducting plane of dimensions 255x150x1 mm located 1 mm
over an infinite parallel ground plane. Columns 5 and 6 show the resonant frequencies
obtained from the numerical simulation for the single heatsink located 1 mm and 30 mm over
an infinite parallel ground plane, respectively. Columns 7, 8 and 9 lists the values of the real
part of the input impedance computed at the stimulation port terminals, for each source
position, in the proximity of the resonant frequencies (— indicates that this mode is not
excited).

Figures 13 shows the simulated electric far-field magnitude at a distance of 1 m versus
frequency, for a conducting plane located 1 mm over an infinite parallel ground plane, for
three different source positions.
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Fig. 13. Electric far-field magnitude at a distance of 1 m versus frequency for a conducting plane
located 1 mm over an infinite parallel ground plane.

Figures 14 and 15 show, respectively, the electric far-field magnitude at a distance of 1 m versus

frequency for the single heatsink located 1 mm and 30 mm, respectively, for three different source

positions.
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Fig. 14. Electric far-field magnitude at a distance of 1 m versus frequency for the single heatsink
located 1 mm over an infinite parallel ground plane.
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Fig. 15. Electric far-field magnitude at a distance of 1 m versus frequency for the single heatsink
located 30 mm over an infinite parallel ground plane.

How can be noticed from Table 1 and Figures 13, 14, 15 not all of the modes are excited for
each source point location. This behaviour can be explained when the dominating current
distributions that are associated with these modes are considered. Figure 16 shows the
distribution of the tangential electric field along the side walls of the cavity and the dominant
currents directions on the conducting plane for the first four modes. If a voltage or current
source is located at the centre of such a current arrow related to a particular mode it can not

support this natural current flow.
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Fig. 16. Field configurations within the cavity and dominant current directions on the
conducting plane for the first four modes.

The theoretical values of the resonance frequencies are in good agreement with the numerical
simulation of the conducting plane and of the heatsink when they are located 1 mm over the
ground plane. At higher distances the edge effect generates a bending of the electric field line
respect the normal direction of the substrate. This bending can be taken in account by
assigning at the heatsink higher dimensions respect the real dimensions, or by multiplying (2)

for the following coefficient:

S uam
— Jrnum 5
T ®

To have a first indication at which frequencies maximum values for the field strength must be
expected, the radiated power from the structures can be calculated as:

1
R‘ad = E ’ Rrad ’ |I|2 (6)

where R,,; is the radiation resistance and 7 is the amplitude of the injected current. The real

part of the input impedance of a lossless antenna represents his radiation resistance. The
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power dissipated as heat on the internal resistance of the source and the heat dissipated by the
heatsink is not considered in this study. In the case of the discrete source of Figure 2 the

injected current is given by

[=——"——-1 7
+Z, ()

input K

Figures 17 shows the electric far-field magnitude at a distance of 1 m versus frequency, for a
conducting plane located 1 mm over an infinite parallel ground plane and over a finite ground plane of

the same dimensions of the heatsink area.
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Fig. 17. Electric far-field magnitude at a distance of 1 m versus frequency for a plane located 1
mm over an infinite and a finite, parallel ground plane.

With an infinite parallel ground plane all the radiated power is forced to spread all over the
structure and hence, the electric far field radiated is maximum. The finite ground plane is
useful to study different layouts of the structure composed by the heatsink and the PCB. The
plane is used instead of the heatsink to reduce the simulation time. The effect of the addition
of the fins has been already investigated in Figures 10, 13 and 14. In Figure 18, three different
layouts are shown. To highlight the influence of the structure layout on the electric far-field
radiated, the worst source location, position a, has been chosen.
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Fig. 18. Three layouts examined of the structure composed by the heatsink and the PCB.
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Fig. 19. Electric far-field magnitude at a distance of 1 m versus frequency for the structure
layouts of Figure 18.

How can be noticed, the best way to reduce the electric far field radiated by the heatsink is to
locate the electronic devices centrally on his plane area, keeping the heatsink parallel and as
near as possible at the PCB.

4.5 Summary

In this chapter the radiated emissions from structures with one, two and four heatsinks are
analyzed by means of numerical simulations. Results show that, at a generic instant of the
excitation source, in the two- and four-heatsink configurations the highest values for the
electric near field are located in the gap/gaps between two adjacent heatsinks, one of which is
excited. This phenomenon may be related to a reactive (capacitive) effect. The surface current
density distributes on the heatsink accordingly. The far field is examined transforming the
electric field time waveform into the frequency domain. In the two- and four-heatsink
structures, the location of the excitation source does not affect the radiated electric far field
significantly, whereas for the single heatsink an increase of the electric field is noticed when
the source is located close to a corner of the structure. The theory of the cavities is used to

understand and to verify the resonance frequencies of the structures in far field, and to relate
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them with the source position and the geometrical dimensions of the heatsink. Finally, the
influence of the position of the heatsink with respect to the PCB is studied in terms of the
electric far-field emission.

The results in this chapter were published by the author in [7].
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CHAPTER 5

“Conclusions and Open Problems”

5.1 Conclusions

The influence of different heatsink configurations for SMPS on conducted EMI and on its CM
and DM components is considered in the first part of the third chapter. It is emphasized the
effect of the stray capacitances introduced by three different heatsink configurations through
conducted EMI measurements. The advantage of reduction of the stray capacitance to ground
is lost in the grounded configuration due to the not negligible inductance of the connection to
ground.

The main frequencies of noise in the CM conducted emission spectrum can be reduced by
subdividing the heatsink among the switching devices of the main commutation loop, and by
using a common-mode choke on the connection to ground of just one heatsink leaving each
other heatsink ungrounded. This new filtering technique is verified by experimental results.

In order to limit the CM currents at the design level of the SMPS, it’s necessary to limit the
overvoltages at the transistor terminals caused by the switching operations. To predict these
overvoltages, a modeling technique that focuses on the high frequency equivalent circuit of
the power supply is proposed. The simulation of complex topologies in power electronics
requires the prediction of electromagnetic coupling effects. Therefore, distributed models of
stray inductance for coplanar strip and coplanar waveguide topology of the switching circuit
are also investigated using the FDTD and HFSS based simulations. The described and
proposed modeling technique is verified by the measurements and PSPICE simulations.
Overall, the results validate the use of high frequency equivalent circuit and lumped
inductance models for the design of power electronic circuits.

In the forth chapter, the radiated emissions from structures with one, two and four heatsinks
are analyzed by means of numerical simulations. Results show that, at a generic instant of the

excitation source, in the two- and four-heatsink configurations the highest values for the
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electric near field are located in the gap/gaps between two adjacent heatsinks, one of which is
excited. This phenomenon may be related to a reactive (capacitive) effect. The far field is
examined transforming the electric field time waveform into the frequency domain. The
theory of the cavities is used to understand and to verify the resonance frequencies of the
structures in the far field, and to relate them with the source position and the geometrical
dimensions of the heatsink. Finally, the influence of the position of the heatsink with respect

to the PCB is studied in terms of the electric far field emission.

5.2 Open Problems

The distributed inductance models introduced to study the voltage applied at the heatsink are
limited to specific topologies and do not take into account the real return current path that
contributes to the interconnection inductance. The work on the extraction of compact
inductance models from the numerical simulations is an open problem for future analysis.

With regard to the radiated emission from the heatsinks, more research is needed to
understand the interactions among the heatsink and others components of the SMPS such as

the booster transformer and the external interconnections of the PCB.
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